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Abstract—This paper presents a read-out front-end ASIC for
the measurement of tissue impedances. The 10 mm2 2-channel
front-end ASIC is fabricated in a 0.18 µm CMOS technology.
The measurement results show that the proposed ASIC operates
over a frequency range of 100 Hz up to 10 MHz. The ASIC has
1.22 pW/Hz power performance, with an SNR over 72 dB for
frequencies ≤ 1 MHz, and over 65 dB SNR for frequencies ≥
1 MHz. The total measured power consumption of the read-
out front-end is shown to range from 2.1 mW to 21.7 mW
depending on the input frequency. To achieve a wide dynamic
range, the IA has an adaptive gain control feature, and it employs
programmable bias currents and reconfigurable structure to
save power while processing low frequency signals. A dual-
DAC hybrid SAR ADC is presented that reduces the power
consumption of the ADC driver by 7 fold for frequencies between
4 kHz and 1 MHz.

Index Terms—Power adaptive, Dual-DAC, hybrid, Bio-
Impedance, Instrumentation amplifier (IA), SAR ADC, Wear-
able, Low noise, Front-end.

I. INTRODUCTION

A LOW-POWER analog/mixed-signal read-out front-
end is a critical component for a multi-channel bio-

impedance system-on-chip (SoC) [1], [2], [3], [4]. The ad-
vantage of bio-impedance as a medical imaging technology
is that it is radiation free, low cost and miniaturizable [5],
[6]. In particular, wide bandwidth bio-impedance is useful
in a variety of applications, from body fluid volume mea-
surements [7], [8], and characterizing the internal anatomy
[9], to distinguishing benign from cancerous tissue using
electrical impedance tomography (EIT) [10], [11]. For optimal
imaging contrast between benign and cancerous tissue, such as
breast cancer detection, broadband EIT operations of up to 10
MHz is necessary [11]. To differentiate between two different
impedance distributions, a signal-to-noise ratio (SNR) of 60-90
dB is required [11], [12]; higher values of SNR yield quality
image reconstructions and allow for better distinguishability.

These applications have high bandwidth, high signal-to-
noise ratio (SNR) requirements, and meeting them in a multi-
channel SoC means that the analog/mixed-signal read-out
front-end must be designed carefully to avoid unnecessarily
high power consumption and heat management problems.

Figure 1 shows the architecture of a conventional bio-
impedance analog read-out front-end (AFE). The instrumen-
tation amplifier (IA) and analog-to-digital converter (ADC)
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both consume a moderate amount of power, but it is the
ADC driver that demands the majority of the power budget
in a conventional AFE. This is because of the significant
capacitive loading from the flywheel filter, which provides
a reservoir of charge to mitigate kickback from the ADC’s
sampling circuit [13]. The ADC driver requires a high bias
current to charge and discharge the large flywheel capacitor.

In this paper, we present a novel bio-impedance analog
read-out front-end that achieves a 10 dB improvement in SNR
and a 3x improvement in power efficiency over the previous
state-of-the-art [14]. To achieve a low-power read-out front-
end, an ADC with pipelined sampling and conversion stages
is presented, which eliminates the flywheel circuit and the
associated high bias current of the ADC driver. Also, the new
AFE employs frequency-dependent power adaptation in the
IA, ADC driver and ADC. We implemented our AFE design
in a 0.18 µm CMOS process, and we report on its impedance
measurement performance.

II. SYSTEM OVERVIEW

A block diagram of the proposed read-out chain is shown
in Fig. 1. The proposed chain comprises 1) a power adaptive
instrumentation amplifier (IA) to amplify the signals induced
on the recording electrodes, while rejecting the large-signal,
in-band common-mode interference that is characteristic of
bio-impedance measurements, 2) AC coupling capacitors and
biasing resistors to properly bias the ADC driver, 3) a power
adaptive ADC driver to drive the large capacitive input of the
ADC, and 4) a dual-DAC hybrid successive-approximation-
register (SAR) ADC that digitizes the induced voltages on the
electrodes and passes them to the matched filter for amplitude
and phase extractions.

A. Instrumentation Amplifier

Figure 2 shows the circuit schematic of the power adaptive,
variable gain instrumentation amplifier. The IA has an open-
loop current conveyor architecture, which is best known for
wide bandwidth, low power, high common-mode-rejection-
ratio (CMRR) applications [15], [16]. The gain of the IA
is defined as RO/RI, which is made variable to increase the
dynamic range of the system. Table I shows the resistor values
chosen for different gain settings.

It is shown in [11] that the excitation frequency of up to 10
MHz is required for some applications such as breast cancer
detection. The IA accepts input signals ranging from 100 Hz
up to 10 MHz. To avoid unnecessary power consumption
while processing low frequency signals, the IA is implemented
with programmable bias currents. The passive common-mode
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(a) (b)

Fig. 1. Block diagram of (a) traditional read-out front-end, and (b) the proposed read-out front-end, including: a programmable gain, power adaptive IA, an
automatic gain control unit, an AC coupling and resistor biasing to bias the ADC driver, a power adaptive ADC driver, and a dual-DAC hybrid SAR ADC.
The ADC driver accounts for the majority of the power difference. In Fig. 1(b), the dual-DAC ADC permits a much longer sampling period (~12 times longer
than the conventional 12-bit ADC in Fig. 1(a)), which in turn allows us to use an ADC driver with a proportionately lower gain bandwidth product and hence
a lower power consumption.

Fig. 2. Circuit schematic of the power adaptive, variable gain IA.

feedback (CMFB) is able to accommodate a large range of
programmable bias currents, because the M7L2\7R2 transistors
are switched in or out as needed, to maintain a constant current
density in the M7 transistors.

The gain of the IA is set through an automatic gain control
(AGC) unit. The decision time of the AGC must be minimized
to reduce the measurement time, which is important for
reducing the impact of electrode displacement and motion
artifacts [17]. Our comparator-based AGC is similar to that
used in [18]. To limit the AGC decision time to a maximum of
a quarter period, we used a pair of comparators to detect both
positive and negative voltage crossing thresholds of Vcm± Vth
(Vth is the threshold voltage, and Vcm is the common-mode
voltage).

The IA has two power settings: 3.3 mW and 0.47 mW. The
latter is set for input frequencies less than roughly 500 kHz,
and the former is to process higher frequency input signals.

TABLE I
RESISTORS RI AND RO FOR DIFFERENT GAIN SETTINGS

IA Gain RI Ro

1 10 kΩ 10 kΩ

10 1 kΩ 10 kΩ

100 1 kΩ 100 kΩ

Fig. 3. Measured IA transfer function for its two power gain settings.

The transfer function of the IA for its two power gain settings
is shown in Fig. 3. The IA has a measured bandwidth of 1
MHz and 10 MHz for its two power settings, 0.47 mW and 3.3
mW, respectively. Measurement results show a gain of 100.6,
10.4, and 1 V/V for the 3.3 mW power consumption mode,
and 100.3, 10, and 1 V/V for the 0.47 mW mode.

In terms of dynamic range, the IA’s input-referred noise is
measured as 200, 20 and 10 nV/

√
Hz, respectively for gains

of 1, 10.4, 100.6 (see Fig. 4), while the THD varies between
-56 dB and -35 dB, depending on the gain setting and input
frequency (Fig. 5). For the gain of 10 setting, the RI resistor
is reduced to 1 kΩ. This increases the current demands on
transistors M1L\1R, leading to a higher THD. (Note: RI is 1
kΩ for the gain of 100 setting, but THD is lower in this case
because of the smaller amplitude input.)

Maintaining a high CMRR throughout the bandwidth of
operation is specifically important for bio-impedance applica-
tions, as there is a large common-mode signal in the frequency
of operation that cannot be filtered out with DC blocking
capacitors [19]. Therefore, a current conveyor-based IA is
implemented in this design, as it is well-known for providing
active isolation of common-mode signals [20]. The measured
results in Fig. 6 show a maximum CMRR of 66 dB at 10 MHz
with a 1-VPP common-mode input signal.

B. Successive-approximation-register ADC

A large voltage difference between the ADC sampling
capacitor and input signal may result in large spikes at the



Fig. 4. Measured IA input-referred noise for the gain settings of 1, 10, and
100.

Fig. 5. Measured IA THD with a full swing output of 2 − VPP and three
different gain settings.

Fig. 6. Measured common-mode-rejection-ratio of the IA for a 1-VPP
common-mode input signal.

beginning of the sampling phase [13]. If these spikes do not die
out within the sampling phase, some error will be introduced
to the sampled signal. To reduce the depth of the spike, a
large reservoir capacitance can be placed at the output of the
ADC driver [13]. Due to the large input capacitance of the
SAR ADC and the flywheel filter, the ADC driver’s power
consumption can easily be several times that of the ADC itself
[21]. The ADC driver’s power consumption could be reduced
with duty cycling, but this would be useful only for low sample
rate applications [22]. To reduce the gain bandwidth and power
consumption requirements of the ADC driver, we developed
a hybrid R-C SAR ADC with two pairs of capacitive DACs.
Fig. 7 shows the structure of the proposed dual-DAC hybrid
resistive-capacitive (R-C) SAR ADC. From one sample to the
next, the role of sampling DAC alternates between DAC1± and

DAC2± . Also, while one pair of DACs samples the current
input, the other pair of DACs is used in the SAR algorithm to
convert the previous sample into a digital word. In this manner,
the relaxed sampling time allows the current spikes generated
at the output of the ADC driver to die out well within the
sampling period.

In the hybrid R-C SAR ADC, the capacitive DAC is the only
portion of the DAC that is replicated, while a single resistive
DAC is shared. Although the total area of the capacitive DAC
doubles in a dual-DAC hybrid R-C SAR ADC structure, the
power requirement of the ADC driver reduces significantly.

Fig. 8 shows the circuit schematic for the proposed ADC
structure, along with a fully differential difference amplifier
(FDDA) as the ADC driver. The 1st DAC (DAC1±) is shown
in solid black line capacitors, and the solid gray capacitors
represent the 2nd CAP DAC (DAC2±). The switches shown
in Fig. 8 that are controlled with DAC Selector (DAC_Sel)
and Comparator Connector (Comp_Con) are used to switch
in and out DAC1± and DAC2±, during the conversion and
sampling phases. The DAC_Sel* signal is the early fall-off
version of the DAC_Sel, which is used to implement bottom
plate sampling to prevent input-dependent charge injection
[23]. VCM, VRP, and VRN are respectively the common mode,
positive- and negative-reference voltages. The switches in Fig.
8 that are controlled by DAC_Sel, DAC_Sel* and Comp_Con
are positioned to place the 1st and 2nd CAP DACs, respectively,

(a)

(b)

Fig. 7. Block diagram of the proposed dual-DAC hybrid R-C SAR ADC
while (a) CAP DAC1± & DAC2± are in the sampling and conversion phases,
respectively, and (b) CAP DAC1± & DAC2± are respectively in conversion
and sampling phases.



Fig. 8. Circuit schematic of the proposed hybrid R-C SAR ADC following an FDDA configured in unity gain feedback as the ADC driver.

Fig. 9. Timing diagram for an N -bit dual-DAC hybrid SAR ADC.

in the conversion and sampling phases. A simplified timing
diagram of the main clock and control signals for an N -bit
dual-DAC hybrid SAR ADC is shown in Fig. 9. The main
clock (Main Clk) frequency is equal to the conversion rate of
the ADC, and each period of the main clock is divided into
N+1 periods of the internal clock (Int. Clk) for an N -bit ADC.

Referring to the timing diagram in Fig. 9, the Comp_Con
control line toggles one clock cycle before the DAC_Sel line.
This is because the parasitic input capacitor of the comparator,
Cp, holds a voltage Vx from the previous conversion cycle (see
Fig. 10). When the Comp_Con line switches DAC2+ onto the
comparator input, some time is needed for the DAC to recover
from the addition of Cp and its extra charge. This recovery
phase is the extra clock period between Comp_Con toggling
and DAC_Sel toggling.

Referring to Fig. 1, there is a matched filter following the
ADC block. To extract the amplitude and phase of a signal, the
matched filter processes 1600 samples of the digitized signal.
The matched filter requires an integer number of periods.
Therefore, the maximum sampling frequency of the ADC (6.5
MHz) would result in an excessive number of data points
for frequencies lower than ~4 kHz (~6.5 MHz/1600). As a
result, for input signal frequencies lower than 4 kHz, the ADC

Fig. 10. Simplified circuit operation of the ADC considering parasitic
capacitance at the input node of the comparator in a) DAC1+ performs
conversion and DAC2+ is connected to the input signal for sampling, b)
conversion on DAC1+ sample is done and while DAC2+ is still connected
to the input signal, the comparator input is being switched from DAC1+

to DAC2+, and c) The comparator input is connected to the DAC2+ while
DAC2+ is still connected to the input signal.

sampling rate (Fs) is reduced to Fs = 1600 × fIn, where fIn
is the input signal frequency. As shown in Fig. 11, the ADC
power consumption thus ranges from 1.46 mW to 4.41 mW.
To process signals with frequencies higher than 3.25 MHz,
which fall outside of the first Nyquist zone of the ADC, an
under-sampling technique [24] is adopted. This method allows
any input frequency of fIn that is above the Nyquist rate of
the ADC to be aliased back into the first Nyquist zone of
the ADC. The aliased signal is at a much lower frequency
equal to |fIn−nFs|, where n is an integer number, and Fs
is the sampling frequency. As a result, power hungry high
speed ADCs can be avoided, which helps to keep the power
consumption of the read-out front-end low. This comes at the
price of a higher noise level, which is also aliased into the



Fig. 11. Measured power consumption of the ADC versus input frequency.

first Nyquist zone of the ADC, and can reduce the SNR.
The proposed scheme interleaves only the capacitive part

of the entire ADC, sharing the other blocks, which mitigates
some of the complications that come with the fully time-
interleaved ADCs but nonetheless inherits other sources of
error. There are three main mismatches that impact the perfor-
mance of the time-interleaved ADCs: offset, gain, and timing
mismatches.

Employing the same comparator makes it such that the dual-
DAC hybrid R-C SAR ADC, in contrast to traditional time
interleaved ADCs, does not suffer from the offset mismatch.

The gain and timing mismatches in two-channel tradi-
tional time-interleaved ADCs cause amplitude modulation and
generate an image at Fs/2 − fIn [25], [26], where Fs and
fIn are the sampling and input frequencies. The capacitive
portion of the DAC in our structure may also suffer from gain
mismatch, which can be avoided by proper sizing of the unit
capacitor. Compared to the traditional time-interleaved ADC,
our structure is physically less dispersed, since the dual-DAC
hybrid R-C SAR ADC only interleaves its capacitive part.
This reduces clock routing, and hence timing mismatches, in
our structure. Furthermore, in the EIT application, there is
a narrow filter at the end of the chain (see Fig. 1) called a
matched filter that is centered at the input frequency, which
filters out the distortion. Therefore, as long as the tone at
Fs/2 − fIn, generated by the gain/timing mismatch, does not
overlap with fIn, the gain/timing mismatch does not affect our
results in the EIT system. Note that in the EIT application, the
input frequency is selected arbitrarily by the user such that it
covers several points in the desired frequency range which do
not overlap with any generated tones.

In the following we investigate how the dual-DAC structure
affects the matching requirement of the capacitive DAC parts
with respect to differential nonlinearity (DNL). As the two
traditional and dual-DAC hybrid structures share the same re-
sistive DAC, here we consider only the matching requirement
for the capacitive part. We model each unit capacitor as the
sum of a nominal capacitance, Co , and some random capaci-
tance, δc, which is a normally-distributed random variable with
a variance of σ2

c . In a traditional N -bit binary weighted DAC,
the worst case DNL occurs at the mid range, transitioning
from V100...000 to V011...111. At this transition, the DNL error
is due to 2N − 1 capacitors (2N−1 capacitors from the MSB,

and 2N−1 − 1 capacitors from the first N − 1 bits). In this
scenario, it was shown that the standard deviation of the worst
case DNL in a single capacitive DAC structure is defined as
[27]:

σ
S,DNL ≈

√
2N

σc
Co

LSB (1)

In order to have the worst case DNL be less than half of the
LSB, using (1) one can size the minimum unit capacitance.

In our proposed dual-DAC structure, the worst case DNL
occurs at the transition from the last digital word to the
second to last one, transitioning from VDAC1, 111...111 to
VDAC2, 111...110. At this transition, the DNL error is due to
2×2N capacitors (2N capacitors from each of the two DACs).
In the same way that (1) was derived, one can find the worst
case DNL for the dual-DAC structure:

σ
D,DNL ≈

√
2N+1

σc
Co

LSB (2)

By comparing (1) and (2), and only considering the mismatch
effect, one can see that, in order to have the worst case DNL be
less than half of the LSB, the unit capacitance in a dual-DAC
should be

√
2 larger than the one in the single DAC structure

to yield the same result. Fig. 12 shows the comparison of
the standard deviation of the worst case DNL for both the
single and dual capacitive DACs, sized to have the same yield
(3σDNL < ±0.5LSB) using (1) and (2). It should be noted
that the two equations (1) and (2) only consider the matching
requirement; however, the smallest unit capacitance can also
be determined by parasitic capacitance (mostly input of the
comparator), design rules, and noise requirement [27]. In our

(a)

(b)

Fig. 12. Monte Carlo simulation comparison of the worst case DNL in a
(a) single DAC with the unit capacitor sized using (1), and (b) dual-DAC
structure with the unit capacitor sized using (2), which is

√
2 larger than that

of the single DAC.



(a)

Fig. 13. Measured DNL and INL of the ADC.

(a)

Fig. 14. Circuit schematic of the power adaptive fully differential difference
amplifier used as the core of the ADC driver.

design, it is parasitic capacitance, and not matching concerns,
that are a constraint on unit capacitor sizing. So, the unit
capacitor is sized the same in the dual-DAC ADC as it would
have been in a conventional, single-DAC ADC. Of course,
the total area of the DAC doubles in a dual-DAC SAR ADC
structure – but the benefit is that the power requirement of the
ADC driver reduces significantly.

In this work, a 12-bit, 6.5 MSPS SAR ADC is implemented
with respectively 7- and 5-bit capacitive and resistive DACs.
From the measured DNL and INL shown in Fig. 13, the ADC
exhibited a linearity of 10 bits. Trimming would be required
for higher resolution applications.

The digital control logic circuitry block used in this design
is a modified version of the scheme presented in [28]. This
block implements the binary search algorithm, controls the
DAC switches, and outputs the ADC’s digital word. A master
high frequency clock is generated and transmitted into the
front-end using low-voltage differential signaling (LVDS). All
necessary clocks inside the chip are generated from the master
clock using clock dividers and combinational logic circuitry.

C. ADC Driver

Due to the limited driving capability of the IA, an ADC
driver is placed between the IA and the ADC. Fig. 14 shows
the circuit schematics of the core of the ADC driver. The core
of the ADC driver is a fully differential difference amplifier
(FDDA), configured in a unity gain feedback configuration.
The bias currents of the FDDA core and its common-mode
feedback (CMFB) are programmable, varied in tandem to

accommodate different ADC sampling rates and slew rate
requirements. The biasing current of the ADC driver varies
over a wide range. Therefore, the biasing approach presented
in [29] is established that is well suited for all-level current
biasing.

The measured transfer function of the ADC driver is plotted
in Fig. 15 for two representative different bias current levels.

Typically, the ADC sampling time is a fraction of the
conversion time. In our new dual-DAC structure, however, the
ADC sampling time is equal to the entire ADC conversion
time, which significantly relaxes the bandwidth requirement
of the ADC driver. The power consumption of the ADC now
is set with the more stringent requirement by the slew rate and
bandwidth requirements of the ADC driver.

D. Gain Bandwidth Product of ADC Driver

The requirements for the slew rate and gain bandwidth are
related to the non-linear settling time segment and the linear
settling time segment, respectively [30]. For a first-order ADC
driver to operate with N-bit resolution, it must have a 3-dB
frequency that satisfies ω > ln(2N+1)/ts, where ts is the
ADC sampling time. Assuming the driver is implemented as
an opamp in unity gain feedback, the gain-bandwidth product
(GBW) of this opamp is GBW = ω. Furthermore, to avoid
slewing, the opamp needs to provide sufficient current to the
load when large input is applied.

For the traditional hybrid structure, the sampling time (ts)
is equal to Tc/(N+1), where Tc is the conversion time of the
ADC. However, the sampling time for the proposed structure
is equal to the entire conversion time. Therefore, the gain
bandwidth of the ADC driver used for the hybrid structure
is relaxed by a factor of (N + 1), compared to that of the
traditional structure. The slew rate requirement is similar in
both the traditional and dual-DAC hybrid structures.

The tail current (It = I1 in Fig. 14) of the ADC driver must
be selected such that it meets the more stringent requirement
for the current set by the gain bandwidth (It,GBW), and slew
rate (It,SR): It = max (It,GBW, It,SR). The requirement on
the current value set by the gain bandwidth and slew rate,
respectively, can be calculated as:

It,GBW =
VeffCtω

2
(3)

Fig. 15. Measured transfer function of the ADC for two representative
different biasing currents.



Fig. 16. Measured power consumption of the ADC driver versus input
frequency compared between our design and ref. [14].

It,SR =
SR

Ct
(4)

where Veff is the effective voltage of the input transistors, Ct
is the total capacitance driven by the ADC driver, and SR is
the required slew rate. In the traditional hybrid structure in
[14], (3) is always the dominant factor that sets the current
requirement. In the dual-DAC hybrid structure, however, (3)
is relaxed by a factor of (N +1). Therefore, in our design, for
input frequencies lower than 1 MHz, (3) sets the requirement,
whereas for frequencies above 1 MHz, the current is set based
on the slew-rate requirement, which is determined by (4). As
Fig. 16 shows, the ADC driver power consumption is reduced
7 fold for frequencies between 4 kHz and 1 MHz when a
dual-DAC (versus conventional [14]) SAR ADC is used.

III. READ-OUT FRONT-END MEASUREMENT RESULTS

The proposed ASIC read-out front-end including two identi-
cal front-end EIT channels is implemented in 0.18 µm CMOS
technology and its micrograph is shown in Fig. 17. Each read-
out front-end channel comprises an instrumentation amplifier
(IA), an automatic gain control (AGC) unit, an AC coupling
with a biasing resistor, an ADC driver and a SAR ADC.

One of the main performance metrics of EIT imaging
systems is signal-to-noise ratio (SNR). This metric shows how
repeatable the measurement results are. To calculate the SNR,
a known signal is applied to the read-out front-end and the
extracted amplitude (i.e., the output of the matched filter) at
the end of the chain is recorded [11]. This measurement is
repeated with all measurement conditions kept constant, with
the SNR is defined as the ratio of the mean squared over the
variance of the repeated measurements:

SNR = 10 log10

[ ∑l
n=1 (Vn/l)

2∑l
n=1

(
Vn − V

)2
/l

]
(5)

Here V is the mean of all measurements, l is the number
of repeated measurements, and Vn is the value of n-th mea-
surement. The numerator and denominator in (5) represent
the mean and variance of all measurements, respectively. To
calculate the SNR, 23 different frequencies covering a range
of 100 Hz up to 10 MHz are selected and 80 repeated
measurements (l = 80) are captured for each frequency. To
extract the amplitude and phase of a signal, the matched

Fig. 17. Die micrograph of the two-channel EIT read-out front-end. The chip
area including the bonding pads is 10 mm2.

filter processes 1600 samples of the digitized signal. The
measurements are performed with a 20 mVPP input signal with
an IA gain of 100 V/V, with the results plotted in Fig. 18 (a).
The read-out front-end chain can handle up to 2 VPP, with an
IA gain of 1 V/V.

The measured total power consumption of the read-out
front-end is plotted in Fig. 18 (b). The total power consump-
tion of the read-out chain ranges from 2.1 mW to 21.7 mW. In
our previous 10 MHz read-out front-end [14], the total power
consumption varied between 6.9 mW and 21.8 mW for the
same frequency range, while the power reaches it maximum
21.8 mW for any frequency over ~4 kHz.

To quantify the measurement accuracy of the read-out chain,
it is required to perform in-vitro phantom measurement with
known loads as suggested in [11], [14], [31], [32]. Fig. 19
shows the in-vitro phantom measurement setup, where the
tissue is modeled as a parallel R-C circuit (ZT), connected
to two ‘electrodes’ modeled as series resistors (RE). The
frequency of the voltage source Vin connected to the phantom
is swept from 100 Hz to 10 MHz. The voltage that develops
across the tissue model (VT) is fed to the read-out chain and
the output of the ADC is fed to a matched filter block. The
extracted amplitude and phase of the matched filter are used
to generate a Cole-Cole plot. The x-axis and y-axis show
the resistance, RT (ω), and reactance, XT (ω), of the load,
respectively, where we have:

ZT (ω) =
R

1 + (ωRC)2
− j

(
ωR2C

)
1 + (ωRC)2

= RT (ω)− jXT (ω)

(6)
The values of R, C and RE are 1 kΩ, 1 nF and 1 kΩ respec-

tively [11]. Fig. 20 (a) shows the Cole-Cole measurement plot,
with the arrow indicating the direction of increasing frequency.
The accuracy of the extracted amplitude and that of the phase
used in the Cole-Cole plot are calculated and plotted in Fig. 20
(b). The accuracy of the extracted amplitude varies between
99.9% and 92.5% and the phase error varies between ∼ 0 and
0.15 degrees, depending on the operating frequency.



IV. DISCUSSION

A comparison of the performance of the proposed read-out
front-end with other ASIC bio-impedance measurement works
is presented in Table II. The figure-of-merit (FOM) used in

(a)

(b)

Fig. 18. (a) Measured SNR of the read-out front-end versus frequency for
23 different frequencies, with a 20 mVPP input signal with an IA gain of
100 V/V, and (b) measured total power of the chain versus input frequency
compared between our design and ref. [14].

Fig. 19. The phantom measurement setup, with the tissue and electrode being
modeled as ZT and RE respectively. The induced voltage on the tissue model,
VT, is connected to the input of the read-out front-end, and the extracted
amplitude and phase are used in the Cole-Cole plot.

Table II is defined as:

FOM =
P

BW × 10(SNR/20)

(
W
Hz

)
(7)

where P is the power consumption of the AFE, BW represents
the bandwidth of the system, and SNR is the minimum signal-
to-noise ratio the system achieves in the BW bandwidth. All
of the systems presented in Table II are single-frequency sys-
tems, meaning they can process only one frequency at a time.
The ASIC in [33] covers a frequency range of up to 90 kHz
for cardiac monitoring. The analog demodulation approach has
been used in this system, where the signal is down converted
using analog mixers. Employing analog demodulation reduces
the speed requirement of the ADC (since the ADC sees only
DC or low frequency signal), however this approach is prone
to accuracy degradation [35]. Furthermore, it is shown in [36]
that, in order to meet a high SNR target, analog systems must
burn more power than their digital counterparts. This ASIC
has a decent power efficiency of 4.44 pW/Hz; however, this
system has a relatively low SNR and low bandwidth. The
EIT system for cardiac monitoring presented in [2] extracts

TABLE II
PERFORMANCE COMPARISON WITH PREVIOUS WORKS

JSSC’11 [33] JSSC’15 [2] ISSCC’17 [4] TBioCAS’18 [34] TBioCAS’18 [14] This Work

Process 180 nm CMOS 180 nm CMOS 65 nm CMOS 180 nm CMOS 180 nm CMOS 180 nm CMOS

Frequency Range Up to 90 kHz 10 - 200 kHz 10 - 300 kHz 500 Hz - 700 kHz 100 Hz - 10 MHz 100 Hz - 10 MHz

Demodulation Type Analog Analog Analog Digital Digital Digital

Front-End
Input Noise 58 nV/

√
Hz 42 nV/

√
Hz 21 nV/

√
Hz 14 nV/

√
Hz N/A 10 nV/

√
Hz

SNR 40 dB 56.3 dB † N/A 71 dB
64 dB @ ≤1 MHz

56 dB @ ≤10 MHz

72 dB @ ≤1 MHz

65 dB @ ≤10 MHz

FOM 4.44 pW/Hz ? 13.97 pW/Hz ‡ N/A 4.09 pW/Hz ?
13.7 pW/Hz @ 1 MHz ?

3.45 pW/Hz @ 10 MHz ?

2.26 pW/Hz @ 1 MHz ?

1.22 pW/Hz @ 10 MHz ?

† SNR averaged over measurement index.
? Front-end.
‡ Includes current injection block.



(a)

(b)

Fig. 20. (a) Measured Cole-Cole plot over a frequency range of 100 Hz
- 10 MHz, and accuracy of the extracted amplitude and phase used in the
Cole-Cole plot are plotted in (b).

both amplitude and phase, using analog demodulation. This
system also has a relatively low bandwidth (200 kHz). The
ASIC EIT for lung ventilation monitoring in [4] uses 65 nm
technology that is fairly new and uses analog demodulation
to extract both amplitude and phase. The proposed read-out
front-end compared to our previous work [14] covers the
same frequency range, and employs the digital demodulation.
However, the proposed work shows over 8 dB improvement
compared to its predecessor [14]. The FOM of the proposed
chain is almost three times better than that observed in [14].
Besides, the proposed chain has a power adaptive structure
that significantly reduces its power consumption for lower
frequencies as compared to the work presented in [14], which
is shown in Fig. 18 (b). The combined area of the ADC and
ADC driver in the proposed work is ~1.14 mm2, which is 54%
larger than its predecessor [14] with an area of ~0.74 mm2.
The increased area is mainly due to the dual DAC structure
and adaptive biasing. However, despite the increase in area, the
dual DAC structure and adaptive biasing significantly improve
the power performance of the proposed work.

V. CONCLUSION

In this work, a power adaptive 2-channel read-out front-
end ASIC for bio-impedance measurement is presented. The
read-out front-end covers a wide frequency range of 100 Hz
to 10 MHz, which is necessary for distinguishing malignant
from benign tissues. The IA has a reconfigurable structure with
a passive common-mode-feedback that makes it low power
and power adaptive. The IA also employs an automatic gain

control unit to increase the dynamic range of the chain, and
reduce the required resolution of the ADC. In order to reduce
the total power consumption of the chain, a dual-DAC hybrid
SAR ADC is implemented that significantly reduces the power
consumption of the ADC driver, and hence the chain. The
presented read-out chain has 1.22 pW/Hz power performance,
while maintaining an SNR between 81 and 65 dB. As a result,
the proposed read-out chain is well suited for use in high-
frequency, low power EIT imaging systems.
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